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Abstract

The thesis describes work on bandpass and multibit Sigma-Delta Analogue-to-
Digital Converters. A new type of bandpass Sigma-Delta Analogue-to-Digital Con-
verter is presented. The converter has applications in digital radio, being able to di-
rectly digitize and digitally demodulate the signal at the Intermediate Frequency (IF)
stage. The new converter is simpler than existing bandpass architectures and offers
greater resolution for the same modulator order. In addition, the maximum achiev-
able centre frequency is not limited by the modulator clock rate but by the sampling
rate, which can be much higher. In the circuit to be described, a modulator with a
clockrate of 2.675MHz is used to convert a signal at an IF of 10.7MHz.

Published implementations of multibit mismatch-shaping DACs have been com-
pared and improved versions derived and are presented. In comparison with earlier
work, second- and higher-order shaping of the mismatch error is achieved with sim-

pler hardware.
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Chapter 1

Motivation

Sigma-Delta data converters [1] are well established in applications such as digital
audio that require high resolution at low to medium conversion rates. Most exist-
ing Sigma-Delta converters [2] achieve their high linearity through a combination of
single-bit quantization and high oversampling rates. Their use in higher conversion
rate applications such as digital radio has been limited to the lower frequency stages
by the high oversampling rates required. A switch to multibit quantization offers the
possibility of increased conversion rates at the cost of greatly increased sensitivity to
component non-idealities.

This thesis addresses the design of faster converters from two starting points:
firstly, a new type of bandpass Sigma-Delta A/D converter has been made for dig-
ital radio reception; secondly, improvements have been made to multibit mismatch
noise-shaping topologies, giving reduced circuit complexity and /or higher clock rates

compared with earlier work.

1.1 Bandpass Converters

The proliferation of mobile telecommunications and their integration with digital data
processing systems has led to a growing demand for digital radio receivers. For ex-
ample, for an in-car entertainment system, it would be desirable to have a single IC
to handle AM/FM radio reception and CD digital audio [3] to reduce overall sys-

tem cost. In a digital radio receiver, the signals to be converted are relatively nar-



row band and modulated to high frequencies, typically with many adjacent channels
which must be filtered out. Sigma-Delta converters, with their digital filtering stages,
are an attractive prospect for use in these applications as they offer good rejection
of out-of-band signals [4]. These out-of-band signals (such as adjacent channels in
a radio receiver) are removed with the quantization noise. Sigma-Delta converters
can also be built on fine-geometry ‘digital” technologies and so integrated with other
digital functions.

Bandpass Sigma-Delta converters have already appeared in the literature ([5]), but
these are relatively inefficient compared to lowpass converters, from an IC area point-
of-view. This is because twice as many op-amps are needed to make a bandpass
modulator as a lowpass modulator with the same noise-shaping performance — e.g.
fourth-order bandpass modulators have the same quantization noise shaping perfor-
mance as second-order lowpass modulators. These emodulation schemes usually
employ an intermediate-frequency (IF) stage and the IF signal is digitized by the band-
pass Sigma-Delta.

The present work improves on existing technology by introducing a direct-conversion
demodulator and digitizer which can digitize directly the IF signal and perform any

subsequent demodulation digitally.

1.2 Multibit Converters

Traditional Sigma-Delta analogue-to-digital converters [1, 2] use single-bit quantiza-
tion and feedback because, having only two levels, a single-bit system is inherently
linear. Multibit converters have the potential for greater resolution and speed but
the internal Digital-to-Analogue converter (DAC), while usually of low resolution,
must be linear to the full resolution of the overall converter if distortion is to be
avoided. Hence, multibit converters have only become practical since the develop-
ment of schemes for cancelling the distortion introduced by the inevitable mismatches
in the feedback DAC [6, 7].

Existing schemes for noise-shaping these mismatch errors are reviewed and a new

efficient implementation is developed which offers similar performance to earlier ver-



sions for lower circuit complexity and silicon area.

1.3 Thesis Outline

This thesis is divided into eight chapters, of which this is the first. Chapter 2 is an
introduction to Sigma-Delta architectures: lowpass, bandpass, multi-stage and multi-
bit. Chapter 3 deals with typical applications of bandpass modulators and the digital
filtering stages required. Chapter 4 deals with the two bandpass converter topolo-
gies developed during this project. Chapter 5 discusses multibit modulators and the
main issue in their design — i.e. cancelling mismatch errors — and describes new
schemes which noise-shape this error. Chapter 6 describes the bandpass Sigma-Delta
integrated circuits built while chapter 7 gives the test results from these circuits and
others implemented in breadboard form. Finally, chapter 8 presents a summary and

conclusions.

1.4 Author’s Contribution

This work was carried out in the CAD group at the National Microelectronics Research
Centre and involved collaboration with other members of the group. In particular,
many of the ideas behind the multibit architectures in chapter 5 originated from Dr.
Colin Lyden while the op-amp and biasing circuit depicted in chapter 6 and used in
both IC implementations are based on designs by Mr. John Ryan.



Chapter 2

Sigma-Delta Converters

This chapter provides a brief introduction to Sigma-Delta A/D converters; for further
details on the state-of-the art in Sigma-Delta converters in 1997 see the IEEE book
edited by Norsworthy, Schreier & Temes [2].

Analogue-to-Digital (A/D) converters are devices which produce a discrete-time
digital representation of a continuous-time analogue signal. This conversion can be
divided into two stages: an analogue sampling of the signal at discrete time inter-
vals followed by a digitization of this sampled signal. Sigma-Delta A/D converters
are composed of two parts: an analogue modulator which produces a low resolution
digital signal and a digital filter which filters this signal to produce the final digital
output. For single-bit quantization, the intermediate digital signal is one bit wide
and is referred to as a bitstream. The instantaneous density of ‘ones’ in the bitstream
is proportional to the value of the input analogue signal; if the input level is high, there
will be more ones; if it is low, there will be few.

A high signal-to-noise ratio (SNR) is obtained from the low-resolution digital sig-
nal through a combination of oversampling and noise-shaping. Oversampling is the
process of sampling the analogue input signal at a rate higher than the Nyquist fre-
quency, the oversampling ratio being the sampling rate divided by the Nyquist rate. If
the quantization noise introduced by sampling at one-bit precision is assumed to be
‘white” (with a flat spectral density so that the noise is spread evenly over the entire
frequency spectrum), oversampling will improve the SNR by 3dB per octave increase

in sampling rate. As 3dB corresponds to about 1/2 bit, very high sampling rates



would be needed to achieve high resolution over even narrow basebands. For exam-
ple, to achieve 8-bit resolution with a 1-bit quantizer requires an oversampling ratio
of 214, implying a sampling rate of 128MHz to give a baseband bandwidth of only
4kHz. Noise-shaping is the more important factor in obtaining high resolution and
involves using an analogue noise-shaping filter to move the quantization noise out of
the baseband so that it can be filtered out by a digital filtering stage at the modula-
tor output. Lowpass Sigma-Delta modulators have the baseband at DC so that the
noise-shaping filter moves the quantization noise to high frequencies, while bandpass
modulators filter the noise away from a specified passband.

Sigma-Delta modulators can be classified by their order, which is the order of the
noise-shaping filter, and are broadly divided into two categories — low-order mod-
ulators employing first- and second-order noise-shaping and high-order modulators

with higher order (larger than second-order) noise-shaping.

Anti-Aliasing

It is important that the input to any A/D converter be band-limited to avoid aliasing,
the phenomenon where signals at more than half the converter’s sampling rate are
folded back into the signal band by the sampling process. An analogue anti-aliasing
filter is required at the input to a lowpass converter to remove signals above the band
of interest. Compared with conventional Nyquist-rate A/D converters, oversampling
converters have relaxed requirements on this filter because the sampling rate is much
higher, so the filter’s roll-off can be much shallower. Figure 2.1 compares the filter
responses of anti-aliasing filters for Nyquist-rate and oversampling converters.

As can be seen in Figure 2.1, the transition band can be much wider in the oversam-
pled case. The baseband bandwidth in a Nyquist converter might be 40-45% of the
sample rate, leaving 5-10% for the transition band (double this if aliasing into the tran-
sition band is allowed), while in an oversampled converter the baseband bandwidth is
only a few % of the sample rate, leaving close to 50slower rolloff. In Sigma-Delta A/D
converters the digital filter stage acts as a digital anti-aliasing filter which strongly at-
tenuates input signals close to the baseband — out-of-band input signals appear the

same as shaped quantization noise to the digital filter.
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Figure 2.1: Anti-Aliasing Filter Comparison

2.1 Low Order Modulators

Fs/2

A block diagram of a Sigma-Delta (lowpass) A/D converter is given in Figure 2.2.

Low-pass filter =
H(f)

Comparator

M odul ator

/ Digital
—=
1-hit samples 16-bit samples
at high rate at Nyquist rate

Figure 2.2: Sigma Delta A/D Converter

The name ‘Sigma-Delta’ derives from the fact that the noise-shaping filter normally

consists of one or more integrators (Sigma) which filter the difference (Delta) between

the input and feedback signals. These converters are also commonly referred to as

‘Delta-Sigma’ converters and this arises from imagining that the ‘Delta” happens be-

fore the ‘Sigma’!



The converter consists of the analogue modulator, shown within the dashed box in
Figure 2.2, and the digital filter. The modulator comprises a low-resolution digitizer
(usually a comparator — one-bit digitizer) clocked at a high oversampling ratio in a
feedback loop. The loop has a lowpass transfer function for signals applied at the
Analogue in input and a highpass transfer function for the quantization noise added
by the digitizer (added at the comparator). Thus, the quantization noise is shaped
to high frequencies leaving very little noise at low frequencies. The digital filter is
a lowpass filter which removes the shaped quantization noise, allowing the output
to be resampled at the Nyquist rate without aliasing high frequency noise into the
passband.

In principle, an SNR arbitrarily higher than the quantizer’s SNR can be achieved
using very high oversampling ratios, clocking the loop ever faster for any given base-
band width. In practice, the technology in which the circuit is implemented will
impose an upper limit on clockrate. Additionally, the modulator components intro-
duce thermal noise and flicker noise, which are not noise-shaped. Therefore, at very
high oversampling ratios, where the baseband quantization noise is small, these noise
components will be dominant.

In the general case of Figure 2.2, where the loop filter has transfer function H(f), a
simple analysis shows that the input signal is filtered by H(f)/(1 + H(f)) ~ 1 at low
frequencies, where a ‘low’ frequency is one at which |[H(f)| >> 1, while the quantiza-
tion noise is filtered by 1/(1 + H(f)) ~ 1/H(f) << 1 at low frequencies. Hence, the
overall effect is to pass the input signal unaltered and to attenuate the quantization

noise at low frequencies.

2.1.1 Second-Order Modulators

A second-order feedback modulator of the type introduced by Candy [1] is depicted in
Figure 2.3.

The integrators in this modulator are normally implemented with delays so their
Z-domain transfer function is: z7!/(1—2z~1!). The overall modulator transfer function
is then derived as:

Y(2) = X(2)272 + Q(2)(1 — z71)? 2.1)
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Figure 2.3: Candy-type Second-Order Feedback Modulator

where Y (z) is the output, X (z) is the input and Q(z) is the quantization noise. Qual-
itatively, the output is a delayed version of the input with added noise shaped by a
second-order highpass function.

This architecture was introduced by Candy ([1]) as an improvement over earlier
first-order modulators which consisted of a single integrator in the feedback loop. This
modulator has the useful feature that the H(z)/(1 + H(z)) filtering of the input by the
loop filter, H(z), simplifies to a pure delay, while the quantization noise is shaped by
a double differentiation. For other architectures, allowance may need to be made in
the digital filter stage for analogue filtering of the input.

The feedforward configuration depicted in Figure 2.4 has some advantages over the
feedback modulator :- there is only one feedback path, so only one DAC is required,
simplifying the structure. The weightings on the integrators to the summing junction
are set to ensure stability of the modulator — values that have proven stable in sim-
ulation are 2 or greater for the first integrator and 1 for the second. Increasing the
weighting of the first integrator in this manner makes the modulator behave more like
a first-order modulator, with second-order noise-shaping but with the quantization
noise at a higher level than the nominal second-order modulator.

A nominal modulator of order n can be defined as modulator with quantization
noise shaping of (1 — z71)". Such a modulator has a quantization noise transfer func-
tion which falls off at 20n dB/decade from F;/2. Real modulators of different topolo-
gies will approach the nominal to different degrees — many will have a shoulder in

the noise transfer function plot, above which the quantization noise shaping flattens
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Figure 2.4: Second-Order Feedforward Modulator

out. In these cases, there is more quantization noise in the baseband and the perfor-

mance is less than the nominal. The plots in Figure 2.5 show the nominal and possible

real noise transfer functions. The total amount of quantization noise is the same, but

in the second case more of it lies at low frequencies —i.e. in the baseband. The higher

the frequency this shoulder occurs at, the more the modulator approaches the nominal

in performance.

N
(]
©
2 *__ Slope =
c 20n dB/decade
(@)]
@
=
1
Frequency -> Fs/2
2.1.2 Modulator Performance

Magnitude ->

> __ Slope =
20n dB/decade

1
Frequency -> Fs/2

Figure 2.5: Nominal and Real Noise Transfer Functions

Analysis of the SNR versus oversampling ratio shows that for every doubling of the

oversampling ratio, a first-order Sigma-Delta delivers the equivalent of 1.5 bits (9dB)



of extra resolution and a second-order gives 2.5 extra bits (15dB) [8, 1]

Intuitively, the quantization noise is shaped by the order of the modulator — i.e.
by 6 or 12dB per octave for first- and second-order modulators — and the ‘extra 1/2
bit” comes from the oversampling.

Table 2.1 (from [9]) gives the maximum theoretical resolution for various oversam-

pling rates with a second order modulator.

Oversampling rate | Resolution (bits)
32 9.7
64 12.2
128 14.7
256 17.2
512 19.7

Table 2.1: Ideal resolution versus oversampling ratio for second-order modulator

The theoretical resolutions are derived from the noise transfer function of an nom-
inal second-order modulator — (1 — 271)2 — with the assumption that the noise Q(%)
has a flat distribution of RMS value eg. Substituting for z = ¢/“I" into equation (2.1)
gives the power spectral density of the shaped noise at any frequency f, for a sampling

frequency of f, [1]:

fx=

fs

This can then be integrated between any two frequencies to get the noise power in

that band.

32T x e} sin*(

) (2.2)

2.2 Higher-Order Modulators

High order modulators can be classified as high-order loops, with loop filters of order
greater than two and multistage modulators, composed of a cascade of (usually) low-

order modulators.
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2.21 High-Order Loops

The obvious course for improving the resolution obtained from a Sigma-Delta mod-
ulator is to increase the noise-shaping order so that more of the quantization noise is
moved out of the passband.

A block diagram of a fourth-order loop is shown in Figure 2.6, using the feedfor-
ward topology proposed by Lee ([10]). Lee also describes a variant on this topology
which involves the introduction of zeros in the noise transfer function to widen the
baseband. This is accomplished by adding extra feedback paths from each integrator

output to a summing node at the input.

Digital
Out

Y

Anaogue ‘
e | T

Figure 2.6: Fourth-Order Loop Modulator

High-order modulators with feedback architectures have also been realised [11].

The actual performance of single-bit high-order loops tends to fall short of the
nominal due to stability constraints [12]. Typically, the integrator gains have to be
kept low (e.g. [13]) so that the noise transfer function is not the ideal cascade of differ-
entiators. While the expected quantization noise slope is achieved, this is displaced
towards ‘the left” (the shoulder in the noise transfer function occurs sooner) so that the
advantage of high-order loops is less. For example, for the fourth-order feedforward
modulator depicted in Figure 2.6 suitable integrator gains were found by simulation
tobe 1/4,2/5,2/9 and 1/9 [13] for the first to the fourth integrators, respectively. The

input range of high-order modulators must also be kept lower than that of lower order
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modulators.

Loop Stability and Non-linear Analysis

Modulators with noise-shaping loops of order greater than two are difficult to design
as they tend to be unstable. Initial work carried out by Candy [1] indicated that such
modulators would not be stable; however many fourth- and fifth-order modulators
have been successfully implemented since — [14], [10], [13], [15].

Much of the uncertainty and ‘suck-and-see’ inherent in the design of high-order
modulators stems from the difficulty in accurately modelling the highly non-linear
quantizer. Most of the published design methodologies — [16], [10] — use linear
analysis techniques and rules of thumb (e.g. the input range is reduced compared
with second-order modulators and [10] keeps the high-frequency quantization noise
gain less than 2 for stability) but the results obtained cannot be guaranteed to provide
an accurate prediction of modulator behaviour in all cases. The usual assumptions
are that the quantization noise is ‘white” and that the quantizer does not overload. In
practice, the quantization noise is a function of the input and only first-order and
multibit modulators can be guaranteed not to overload [2]. An overload occurs when
the quantizer input becomes too large and the feedback signal is unable to follow the
input.

A rigorous analysis of Sigma-Delta modulator behaviour requires the use of non-
linear methods. Such analysis is still in its infancy, though some useful results are

now emerging — see [17], [18] for analysis of modulators of orders 1 & 2, for instance.

2.2.2 Multistage Modulators

Multistage modulators, often referred to as MASH modulators, are comprised of a
cascade of two or more first- or second-order modulators. A typical example, of
a fourth-order modulator comprised of two second-order stages, is shown in Figure
2.7 [19]. The two modulators are of the feedback type and the overall fourth-order
response is produced by combining digitally the individual outputs as shown in the
bottom section of the diagram.

The principle of operation of multistage modulation is that quantization noise
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Figure 2.7: Fourth-Order Two Stage Modulator

from the first stage is measured by the second and any subsequent stages. A digital
combination of the outputs of the stages cancels the noise contribution of all stages but
the last and the overall noise-shaping order is the sum of the orders of the stages. Sta-
bility of the overall converter is ensured as each stage is a low-order modulator and
therefore stable.

Multistage modulators are more susceptible to matching errors than single-stage
modulators as the cancellation of the quantization noise is dependent on the matching
between the analogue and digital integrator gains [2]. For example, in Figure 2.7, the
analogue gains of 0.25 and 0.5 must be matched by the digital gains. In the inevitable
event of the analogue gains not being exactly the nominal values, some noise which is

shaped only by the first modulator stage appears at the output [4]. For this reason, if
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not all the stages are of equal order, it is usual to put the highest order stage first.

Typical MASH implementations include modulators made up of three first-order
stages [20], a second-order followed by a first-order [21] or a second-order followed
by two first-order stages. Multistage architectures are especially popular for D/A
conversion, where component matching is not as sensitive as the modulators are all-
digital.

Simulations indicate that, in the ideal case, multistage modulators achieve better
signal-to-noise performance than high-order loops of the same overall order. This is
because greater dynamic range is possible in the multistage modulators, i.e. the input
signals can take on larger values without causing saturation of the integrators. If per-
fect matching is assumed, a cascade of first-order modulators is the best configuration,
otherwise it is better to use a second-order modulator in the first stage [22]. For ex-
ample, in the ideal case a 1-1-1 MASH is better than a 2-1 MASH because the dynamic
range of a first-order modulator is greater than a second-order modulator and so the
input signal size can be greater.

Recently, adaptive filtering methods have been proposed to overcome the match-
ing problems inherent in multistage modulators — [23]. In this system, an out-of-
band signal is added to the first stage input and digitally cancelled by an adaptive
filter at the output of the first stage. When the test input is cancelled, the characteris-
tics of the first stage are known and so the digital coefficients used to combine the stage

outputs and cancel the quantization noise from the first stage can be set appropriately.

2.3 Bandpass Modulators

In the modulators considered up to this point, it has been assumed that the passband
containing the signals to be converted begins at DC and the noise-shaping loop is de-
signed so that it highpass filters the quantization noise. It’s also possible to conceive
a bandpass modulator, where the signals to be converted are centred on a frequency
higher than DC and the loop filter shapes quantization noise away from this band. In
this case, the oversampling ratio is defined as the sampling rate divided by the twice

the width of the passband. Bandpass modulators can be implemented by design-
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ing a Sigma-Delta modulator with a bandpass loop filter rather than the conventional
lowpass filter [24]. The overall loop then has a bandstop response to quantization
noise and a bandpass response to the input signal. Figure 2.8 shows a plot of the Fast
Fourier Transform (FFT) of the output bitstream of a fourth-order bandpass modula-
tor (produced by replacing z=! by 272 in the second-order lowpass transfer function
[21]). The sampling frequency is 10MHz and the passband is centred at 2.5MHz. The
input is a Sine wave of frequency close to 2.6MHz, seen as the tone close to the centre
of the passband in the Figure.
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Figure 2.8: Bandpass Modulator Response

Bandpass modulators have applications in digital radio, as described in chapter 3,
where the band to be converted is narrow compared with the sampling rate and sev-
eral have been designed and are described in the literature — e.g. [5], [24]. Compared
with lowpass modulators, these bandpass modulators are about twice as complex for

the same noise-shaping order, though they have the advantage that offsets and 1/ f
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noise from op-amp components are not a problem at the high frequencies at which
they operate.

A very economical type of bandpass modulator, from the silicon area point of view,
was introduced by Song [25]. In this topology, the input is chopped from F/4 to
DCbyal,o0-10, .. sequence (i.e. a 4-sample Sine wave of frequency F;/4) and
then converted by a lowpass modulator. At the output of the modulator, the digital
bitstream is chopped to the original frequency by multiplying by the same sequence
as at the input. Using this method, a modulator consisting of two op-amps and a
comparator has about the same noise-shaping performance as a bandpass circuit with
four op-amps and a comparator.

A block diagram of this type of bandpass modulator is shown in Figure 2.9.

Digital Output
/>_<\ Low-pass Sigma-Delta />_<\ J P
U Modul ator U

1,0-10,1,0,-1, ... 1,0,-1,0,1,0,-1, ...

Figure 2.9: Song’s Chopping Bandpass Modulator

Such architectures are limited to converting IF that lie at quarter of the sampling
rate.

The architectures described in chapter 4 are based on this chopping method and in-
corporate a further downconversion stage which allows the conversion of frequencies

greater than the modulator sampling rate.
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2.4 Multibit Sigma-Delta Modulators

One-bit quantization and feedback is used in most published Sigma-Delta modulators,
both for A/D and D/A types because of the inherent linearity and independence of
component mismatches of such quantizers [2]. Recently, much work has focussed on

multibit modulators [26, 27, 28] which offer several advantages:

e Reduced quantization noise

Lower tone amplitude

Better stability

Easier analysis (system is more linear)

Better noise-shaping possible

As well as adding 6dB of resolution for every extra quantizer bit, multibit quantiz-
ers have the advantage of being more linear and hence more accurately represented
by linear models than single-bit quantizers. Thus, high-order multibit modulators
can be modelled more accurately than single-bit versions and can be designed to have
better noise-shaping properties [12].

In a typical multibit A /D converter, the modulator employs a low-resolution (typ-
ically 3—4 bits [29]) A/D converter (ADC) in place of the comparator, with a D/A
converter (DAC) in the feedback path.

Errors are introduced due to component mismatches and other non-idealities in
both the ADC and the DAC. Errors in the ADC have little impact on overall converter
performance as they appear as quantization noise and are noise-shaped (and will be
typically of much lower magnitude than the quantization error). The DAC must be
linear to the full resolution of the converter as any errors introduced here appear at
the input of the converter. This means that the capacitors in the DAC section must
match to one part in 131072 for a 16-bit converter with 1/2 LSB accuracy. As modern
processing techniques, combined with careful layout, provide matching of at best ten

to twelve bits (one in a thousand to one in four thousand) [30], high resolution multibit
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converters can only be implemented using some form of error correction to reduce the
effect of DAC errors on overall performance.

High resolution converters of other types often use laser trimming of components
after fabrication to achieve good matching but this is a costly process. Multibit Sigma-
Delta converters have been reported which calibrate the DAC using digital techniques
to compensate for DAC non-linearities [27] or analogue continuous calibration [31]. A
more recent approach is to noise-shape the DAC mismatch error (‘mismatch-shape’)
using similar techniques as for the overall Sigma-Delta loop [32]. This approach is
attractive because it is a digital scheme and the noise-shaping ties in with the overall
converter. In principle, if the mismatch-shaper had the same error-shaping transfer
function as the Sigma-Delta loop’s quantization error-shaping funtcion, mismatch er-
rors would be completely removed, as both the quantization noise (from the A/D)
and mismatch noise sources (from the DAC) would be filtered by the same function
and the mismatch error would be much smaller than the quantization error.

A full treatment of various noise-shaping schemes which have been reported in

the literature and developed during this project is presented in chapter 5.

2.5 Tones

For DC inputs to Sigma-Delta modulators, the assumption that the quantization noise
has a flat spectral density (i.e. ‘white noise”) does not hold. Rather, the noise is con-
centrated at certain frequencies and the modulator may go into a repetitive cycle with
the result that the desired noise-shaping response is replaced by a series of tones. This
is more likely to be a problem in a DAC than an ADC, as the random thermal noise in
all analogue circuitry tends to break up the tonal frequencies. An FFT of the output of
a Candy-type second-order modulator output for a DC input of 0.08 relative to a feed-
back value of 1.0 is shown in Figure 2.10. In this plot, the shaped quantization noise
is concentrated at discrete frequencies rather than smoothly increasing with frequency
(e.g. compare with bandpass response in Figure 2.8).

Adding a dither signal at the comparator input, or noise at the modulator input,

has the effect of breaking up the tonal frequencies as shown in Figure 2.11. In this
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Figure 2.10: Tones In Second-Order Modulator With DC Input

case, a random signal was added at the comparator input — 10% of the time, the
comparator output was flipped.

Even with the dither signal, some tone frequencies can remain. The simulation
presented shows that for a DC input of magnitude =/Ref, where Ref is the reference
voltage, there are frequency components at (Fs; x x)/Ref and (Fs — z/Ref)/2, where
F is the sampling frequency. These tones are noise shaped and decrease by 6n dB per
octave increase in oversampling rate, where n is the modulator order. This compares
with the decrease of 6n + 3 dB per octave observed for modulators without tones and
predicted by the random white noise approximation to quantization noise [8].

It has been shown that these tones are also present on third- and fourth-order mod-

ulators, at the frequencies specified above, for some DC inputs.
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Figure 2.11: Second-Order Modulator Output With DC Input And Added Dither

2.5.1 Modulator Performance in the Presence of Tones

In the familiar equation relating resolution improvement to oversampling ratio in-
crease — (n + 1/2) bits per octave, for a modulator of order n; the half bit comes
from the fact that the quantization noise is assumed to be evenly spread over fre-
quency. Hence, as the sampling rate is increased, less noise is seen in any particular
frequency band, independent of the noise-shaping order. When tones exist, the noise
power is not spread but is concentrated at particular frequencies. A tone is either
present in the passband or absent, so this ‘extra” half bit does not apply and the er-
ror power is not attenuated by oversampling, only shaped by the noise-shaping, thus
giving n bits extra resolution per doubling of sampling rate.

This analysis implies that a more conservative approach to designing Sigma-Delta

converters is to make no assumptions about the spectral properties of the quantization
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noise and instead to design for the worst case where the noise is tonal. In this case
the quantization noise is shaped by n bits per doubling of the sampling rate, where n

is the modulator order.
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Chapter 3

Bandpass Modulator Systems

The main present day application area for bandpass converters is in the growing field
of digital radio [5]. The objective of digital radio (also called software radio) is to
perform as much as possible of the signal processing (demodulation) in the digital
domain [33], resulting in greater integration, lower component count and, especially,

lower cost.

3.1 Digital Radio

Digital radio has a number of advantages over analogue systems — (i), depending on
where the digitization is performed, analogue channel filtering can be replaced by dig-
ital filtering with resulting greater tolerance to component aging and mismatch; (ii),
RF receivers of different standards can be implemented on the same hardware, simply
by changing the software used to demodulate and process the digitized signals.

The Analogue-to-Digital interface can be at the baseband or at the IF — in general,
the closer to the RF end of the receiver the signals can be converted, the better, as more
stages of the radio can be implemented digitally.

Figure 3.1is a block diagram of a traditional analogue radio receiver, with a tunable
local oscillator to mix the input to a standard IF, usually 10.7MHz (FM) or 455kHz
(AM).

Digital functions can be added to radio receivers by digitizing the baseband signal

[4], as depicted in Figure 3.2. Here, the signal at the output of the second mixer is
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Figure 3.1: Classical Radio Receiver Architecture

digitized. For AM or DSB demodulation, no further signal processing is necessary,
for FM demodulation, a digital FM demodulator is needed to produce the audio out-
put. The Philips IC described in [34] is an example of such a baseband digitizer with
built-in digital FM demodulator.

Antenna
Mixer Mixer
T Digital of
I />_<\ /\/ I >< A/D Convertet DSP _g» P
RF Amp. % IF Amp.

Bandpass Filter

Local Oscillator 1 Local Oscillator 2

Figure 3.2: Baseband Digitizing Superheterodyne Digital Radio

Moving the Analogue-to-Digital conversion a stage closer to the antenna gives rise
to the receiver of Figure 3.3, in which the Intermediate Frequency (IF) signal is con-
verted. Digitizing the output of the IF stage has the advantage of allowing RF re-
ceivers of different standards to be implemented by changing the software [35].

Sigma-Delta modulators are ideally-suited to digital radio applications as they are

largely digital and the digital filtering stage offers good rejection of out-of-band sig-
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Figure 3.3: IF Digitizing Digital Radio

nals, corresponding to adjacent stations [4].

3.2 AM Demodulation

As the name suggests, in Amplitude Modulation (AM) the amplitude of the carrier
signal is modulated by the modulating signal. An AM modulator multiplies the input
signal, f,, by the carrier signal, f., which is of much higher frequency. The modulated
signal is:

signal = (1 + pcos(wst)) x cos(wct) (3.1

p is the modulation index, which is < 1, and w = 27 f. In frequency terms, there
are components at f., f. — fs and f. + fs. The carrier signal component, f., carries
no information about the modulating signal though it aids detection of the signal. A
related form of modulation is Double Sideband Suppressed Carrier (DSBSC) modula-
tion, which eliminates the carrier component for greater efficiency.

Demodulation of AM signals is accomplished by shifting down to DC signals from
the carrier frequency.

Because of the difficulty in designing a tunable bandpass filter, most radio re-
ceivers operate on a super-heterodyne principle which demodulates the signals in two
or more steps, as shown in Figure 3.1. In this way, the bandpass filter operates at a
fixed frequency and different channel inputs are mixed to this frequency by the first

mixer. For most AM receivers an IF of 455kHz is used and this is easily converted
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by version 1 of the bandpass modulator presented in chapter 4. For digital radio
receivers catering for AM and FM bands, a common IF of 10.7MHz can be used, up-
converting the AM and downconverting the FM [3].

Figure 3.4 shows the frequency spectrum of an AM-modulated 10kHz sinusoid

with a carrier frequency of 10MHz. The modulation index is 0.7.
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Figure 3.4: AM-Modulated Spectrum

3.3 FM Demodulation

Frequency Modulation (FM) is more complex than AM, the frequency deviation of the
output signal reflecting the amplitude of the modulating signal. FM modulation has
advantages over AM modulation in that it is less susceptible to interference and so

is popular for high fidelity radio transmissions. The FM modulated signal is of the
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form:

signal = cos(we + kf(t))t (3.2)

where kf(t)/27 is the frequency deviation; the maximum frequency deviation is lim-
ited by legislation to 75kHz in the normal FM radio broadcast band.

A closely-related form of modulation is phase modulation where the transmitted
signal is given by:

signal = cos(wet + kf(t)) (3.3)

Figure 3.5 shows the frequency spectrum of an FM-modulated waveform consist-
ing of the stereo broadcast components — L-R, L+R and 19kHz pilot tone. The carrier
frequency is 10.7MHz and the modulation index is 1. The actual L and R components

used were 9kHz and 15kHz sine waves.
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Commercial FM radio broadcasts use the frequency band from 88MHz to 108MHz. To
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convert the RF signal directly would therefore require a sampling rate of over 200MHz,
which is far too high for the 2.4um technology used in the IC implementations de-
scribed later. A more reasonable objective is to convert the IF signal which is usu-
ally at 10.7MHz for FM receivers. To convert this signal requires a sampling rate of
42.8MHz and this was the target frequency chosen in the present work.

The demodulator can be implemented in dedicated hardware or in software using
a general-purpose digital signal processor. A block diagram of an FM demodulation
algorithm from Song & Lee ([36]) is shown in Figure 3.6. The demodulator effectively
digitally inverts the modulation algorithm of equation (3.2).

lin .
R e

w Lo

Figure 3.6: Block diagram of FM demodulation algorithm

3.4 Digital Modulation/Demodulation

For digital data transmission, there are three popular forms of modulation — Fre-
quency Shift Keying (FSK), Phase Shift Keying (PSK) and Quadrature Amplitude
Modulation (QAM).

3.4.1 QPSK Modulation

Quaternary Phase Shift Keying (QPSK) is a form of PSK which uses four possible

symbols. A QPSK modulator is shown in Figure 3.7. The incoming bitstream is
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combined into two-bit words (dibits) which are used to modulate I and Q carriers.

Binary i/p data LLogi'g f _:+11\\’/ - ><
] ogic L= | Channel J

Carrier Oscillator
Input < : > : QPSK olp
Bufer Q 90 phase shift
Q Channdl @
=
12
Bit Clock Logic0=-1V

Logic1=+1V

Figure 3.7: QPSK Modulator

A receiver using the bandpass demodulator/converter is shown in Figure 3.8. A
phase-locked loop (PLL) is used to recover the carrier and a x4 version of the recov-
ered carrier is used to clock the demodulator. After digital lowpass-filtering, I and Q
channels are recovered and and multiplexed to reproduce the original input bitstream
to the transmitter.

The complete modulator-demodulator/converter system has been simulated us-
ing ‘C’ software and the digitally-filtered outputs from the Sigma-Delta converters
are shown in Figure 3.9. The input to the QPSK modulator was a 40kHz bitstream
consisting of the repeated pattern 00,01, 10, 11,00,01, ... and the carrier frequency is
100MHz. The digital filtering stage consisted of a Sinc? filter for each channel.

3.5 Filtering for Sigma-Delta Conversion

The final stage in the converter is the digital filter. Because the bandpass converter de-
scribed here uses standard lowpass modulators, the digital filters required are similar

to those for conventional Sigma-Delta modulators which are described briefly below.
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Figure 3.8: QPSK Receiver

Sigma-Delta A/D converters traditionally employ multi-stage filtering, almost al-
ways using a Sinc filter as the first stage ([37]) and a conventional FIR or IIR filter for
the second stage. It has been shown that the Sinc filter of order n + 1 is close to the
optimal for filtering the output of a Sigma-Delta modulator of order n [38] with DC
inputs. Sinc filters are also preferred as they can be implemented in small silicon area
without coefficient storage by using a form of modulo arithmetic [39].

Two-stage filtering has been assumed for this work, employing a double Sinc?
as the first stage (a filter for both I and Q channels) and FIR filters for the second
stage. Additional signal processing may also be needed to demodulate the downcon-

verted and digitized signals.

3.5.1 Sinc Filter Stage

The Sinc? transfer function is H(z) = (1/N)3( %)3, where N is the decimation ratio
of the Sinc® stage. The cut-off of the Sinc? filter is not sufficiently sharp for it to be
used to decimate down to the Nyquist rate. It is normally used instead to decimate
to four times the Nyquist rate [37]. Hence, if the overall decimation ratio is 128,

the Sinc filter decimates by 32 — i.e. N = 32. The standard Sinc® implementation,
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due to Hogenauer [39], is depicted in Figure 3.10 and consists of three integrators, a
decimating switch and three differentiators.

A more efficient architecture for Sinc filters is possible, eliminating the first differ-
entiator and clearing the third (for a Sinc®) integrator contents at every cycle of the
decimated clock. As well as reducing the area, the latency of the filter is lower as the
signal path now contains only two elements rather than three clocked at the decimated

clock frequency.

3.5.2 Second-Stage Filter

The second-stage filter in a two-stage Sigma-Delta filtering scheme serves the dual
function of removing the remaining quantization noise and compensating for low-
pass filtering of the input signal by the Sinc stage and possibly the modulator itself, if

its signal transfer function is other than a pure delay. The overall frequency response
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of a typical FIR implementation is shown in Figure 3.11. This particular filter has 100
coefficients and is designed for use in combination with a decimate-by-32 Sinc? to give
14 bits resolution from a second-order modulator.

An enlarged view of the baseband response is shown in Figure 3.12, showing the
compensation for the Sinc? filter response.

Such filters can be efficiently designed using the Parks-McClellan (Remez exchange)
algorithm — the FORTRAN program from Rabiner & Gold [40] was translated into C
and optimised for producing decimation filters for Sigma-Delta converters in an ear-

lier project [9]. This program produces an equiripple filter for input parameters of:

e Number of coefficients
e Passband ripple

e Stopband attenuation

In order to compensate for the Sinc filtering of the baseband, the desired baseband
response has been changed from its nominal value of 1 to the inverse of the Sinc? re-
sponse. Thus, the combined response of the Sinc® and FIR filters gives a flat baseband.

In the present work, the filters are implemented in software.
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Chapter 4

New Bandpass Architectures

The bandpass architectures described in the literature [5, 25] and mentioned in chapter
2 have limitations on the location of the frequency band to be converted (hereafter
referred to as the IF band). As has been seen, this IF normally lies at quarter of
the modulator sampling rate [5]. The requirement to clock the modulator at such
high rates means a correspondingly high power consumption. In this chapter, a new
architecture is described which allows the IF to be at a higher rate than the modulator
clock rate.

An important requirement in bandpass conversion is the suppression of signals at
frequencies close to the IF —bandpass converters are typically used in radio receivers
so there are adjacent stations which must be filtered out. Sigma-Delta A/D converters
are particularly suited for bandpass conversion as the digital decimation filters offer
strong attenuation of such signals as well as quantization noise [4].

Two new architectures for bandpass Sigma-Delta modulators have been developed
and implemented, both as breadboard circuits and fabricated ICs.

Both architectures use chopping schemes to modulate the passband to DC and con-
vert using lowpass modulators, which allows for simpler analogue circuitry, as true
bandpass modulators require twice as many integrators to achieve the same noise-
shaping order.

Only switched-capacitor architectures have been considered in this work, as these
have advantages over continuous-time topologies (e.g. [41]) of operation over wide

clock ranges and less sensitivity to clock jitter.
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4.1 Chopping Downconverter

The first architecture considered consists of a lowpass modulator preceded by a chop-

ping stage, as shown in block diagram form in Figure 4.1.

Lowpass Output
Input_» Sigma-Delta —»p
Modulator
0 1,-

Figure 4.1: Bandpass architecture - Version 1

1,-1 1,..

The chopping circuitry multiplies the analogue input by a digital square wave of
amplitude +1 by swapping the polarities of the inputs. This has the effect of shifting
frequency components at DC to the chopping frequency and components at the chop-
ping frequency to DC. Hence, chopping at the passband frequency allows a lowpass
modulator to be used to convert the bandpass signal. If the desired output is a band-
pass signal, then a second chopping stage can be used to chop the modulator output
back ‘up’ to the original frequency.

As well as being simpler than a modulator made using a bandpass loop filter, this
topology has the added advantage that the passband is tunable. The chopping clock

can be adjusted to any even fraction of the sampling rate —e.g. 1/2,1/4.

41.1 1+ Q Channels

A modulator of similar architecture to the above has been described by Song [25]. In
this system, the input is sampled at twice the Nyquist rate and chopped at half the
Nyquist rate by multiplying the analogue input by a binary sequence: 1,0, —1,0,...
for one channel and a delayed version — 0, 1,0, —1, ... — for the other channel. This
is equivalent to multiplying each channel by a four-sample Sine wave. The two Sine

waves are 90° out of phase with the other. Hence, In-phase (I) and Quadrature (Q)
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components are generated. A single modulator is used in Song’s circuit, with sepa-
rate integrating capacitors for the I and Q channels, as only one channel is active at
any time (only one channel has a non-zero multiplier at any sampling instant). In
the original implementation [25] the bitstream output is chopped by the same binary

sequence as the input to chop back up to the input frequency.

41.2 Results

The chopping downconverter was first simulated at behavioural-level using a C lan-
guage program and implemented in hardware. The hardware implementation used a
conventional second-order lowpass modulator with chopping switches from a CMOS
4016 analogue switch IC. The converter functioned as expected, for an input of
510kHz and the chopping clock running at 500kHz, an FFT of the bitstream output
and the filtered time domain output are shown in Figure 4.2. The filter used was a
Sinc?, implemented in software on the captured bitstream. As can be seen, the 510kHz
input has been shifted to 10kHz and converted by the modulator, which was running

at 2MHz.

= Mag — Anp
-20| 40|
-40 | ™ 0|
m %
© *
- 60 | = -40 |
- 80 || -80 |
-100 } } } } -120 } }
0O 0.20.40.60.8 0 200 400
Frequency (Mega-Hertz) Time (10**-6)

Figure 4.2: Frequency & Time Domain Outputs of Chopping Bandpass Converter
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4.2 Downconverting Bandpass Converter

A block diagram of the main bandpass architecture presented here is shown below in

Figure 4.3.

L A L e Di?ital | I-channel o/p
Filter
Input Sampling
Network —
—>Q 2A S Y D'?'tal L g Q-channel o/p
Filter

Figure 4.3: Downconverting Bandpass Converter

The input is quadrature sampled at 4 x the passband centre by the Sampling Net-
work in the Figure, which has a bandpass response and decimates the sample rate to
the Sigma-Delta modulator clock rate. The sampled signal is also chopped to shift
the passband to DC and the decimated rate I & Q samples are converted by lowpass
Sigma-Delta modulators and digitally filtered.

The operation of the circuit can best be understood by considering the frequency
shifting which occurs between the input to the converter and the pair of Sigma-Delta
modulators in Figure 4.3 above. Taking the case where the band of interest has been
modulated to 10MHz and it is required to run the Sigma-Delta modulators at 2.5MHz,
it is necessary to sample at 40MHz and decimate by 16 in the Sampling Network. Figure
4.4 shows the frequency shifting which occurs in this block.

Firstly, consider the inputs — the band of interest is centred at 10MHz but the dec-
imation will alias signals centred at 7.5MHz, 12.5MHz and other multiples of 2.5MHz
from 10MHz down to the baseband. However, the main feature of the Sampling Net-
work is that it has a bandpass response centred on 10MHz and zeros at those frequen-
cies which are aliased to DC by the decimation. Hence, the adjacent bands shown
in Figure 4.4 as groups of three thick vertical lines on either side of the passband will
be attenuated strongly before being aliased into the baseband. This is an important

advantage of this architecture over undersampling, which would not achieve any at-
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Figure 4.4: Frequency Shifting In Sampling Network

tenuation of the aliases.

Note that signals which are closer to the passband than 2.5MHz (in the example) or
those which are equidistant in frequency from the zeros of the Sampling Network will
not be attenuated to a high degree, but such signals are folded to frequencies away
from the passband. E.g. signals at 12.5MHz + 1.25MHz = 13.75MHz are attenuated
by about 12dB but these are alised down to 1.25MHz, where they are removed by the
digital filtering stage which removes the Sigma-Delta shaped quantization noise.

The Sampling Network is depicted in Figure 4.5 for the case where the ratio between
the sampling rate and the modulator clock rate is four. Two Sampling Networks are

required, connected in parallel so that continuous sampling is possible, with one net-
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work sampling the input while the other is transferring the summed samples onto the
modulator inputs.

Alternate sampling capacitors are used for the I and Q channels. Combined with
the chopping, this gives the sampling sequence 1,0, —1,0,... for the I channel and
0,1,0,—1,... for the Q channel, as with the chopping converter. The outputs of the
circuit at the modulator clock rate are produced by connecting the sampling capacitors
together in such a manner as to produce the chopping and summing — e.g. Opl_I is

the sum of the first sample of Ipl and the third sample of Ip2.

ck2 ck3 ck4
L L |

‘
sel cki ; sel_cki ; sel_ck

Op1_|

sel_ck

Op2_|

K -
i ;
i

| | sel_ck
ck sel_ck _ck sel_ck _ck

8

Op2_Q

sel_ck

Figure 4.5: Sampling Network

The clock phasing for the above sampling network is shown in Figure 4.6. The
two stages of sampling and charge transfer are controlled by sel_ck. When sel_ck
is high, clocks Ck1 — Ck4 form a four-phase non-overlapping clock and the input is
sampled onto the sampling capacitors. When sel_ck is low, the samples are summed

and transferred to the modulator. The second sampling circuit is clocked using sel_ck.
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Figure 4.6: Clock Phasing

An important feature of this architecture is that the passband can lie at a much
higher frequency than the modulator clock rate because it is limited by the achiev-
able sampling rate and not the modulator rate. The sampling rate in turn is lim-
ited by the RC time constant of the sampling switch/capacitor pair and the resolution
required. For 1/2 LSB errors at 16-bit resolution, twelve time constants of settling
are required for the error to fall below 1/2 16-bit LSB (e~ %¢ < 1/2'7 — t/RC >
11.78). This can be expected to be much higher than the modulator rate, which is
limited by the opamp settling time.

The sampling rate required for this converter is again twice the Nyquist rate, e.g.
42.8MHz for a 10.7MHz carrier frequency. The two output channels may be converted
by two separate Sigma-Delta modulators, or a single modulator multiplexing the I and
Q inputs.

Chapter 6 presents an IC implementation of this architecture and chapter 7 with
test results from the fabricated IC.

The sampling capacitors, which are all of the same value, act as an averaging filter

with a bandpass Sinc frequency response. The zeros of this filter are at those frequen-
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cies which are aliased to DC by the resampling at the modulator rate. A plot of the
frequency response of such a filter with sixteen sampling capacitors per input and a
sampling rate of 42.8MHz is shown in Figure 4.7. As can be seen, the zeros are spaced
at 2.675MHz intervals from the passband centre, i.e. at multiples of the decimated rate,

down to DC and up to fs/2, where f; is the sampling rate.
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Figure 4.7: Sampling Network Transfer Function

A close-up view of the zero closest to the passband is given in Figure 4.8. This
shows how the attenuation rolls off around the zero — for example, there is 40dB
attenuation over a 50kHz bandwidth and 35dB over a 100kHz bandwidth.

The effect of this filtering of the input is illustrated in Figure 4.9 which plots the
magnitude of the largest baseband component in the output (from the digital filter)
against input frequency for a sweep of input frequencies from 75MHz to 101IMHz. In

the simulation, the input sampling rate is 352MHz, giving a passband centre frequency
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of 88MHz and each of the two modulators is clocked at 3.52MHz, so the sample rate
is reduced by a factor of 100 by the Sampling Network. Additionally, the Sigma-Delta
oversampling ratio is 128, giving a baseband width of 13.75kHz. The Sigma-Delta
modulator outputs are filtered by digital filters with this bandwidth and decimated
to 27.5kHz. As can be seen from the plot, the input frequencies for which there is
significant aliasing into the baseband are those close to multiples of the modulator
clock rate on either side of the passband centre (e.g. 91.52MHz and 95.04MHz) and
these are attenuated strongly by the zeros of the sampling filter.

For a downconverter sampling at 42.8MHz with a decimate-by-sixteen sampling
network, the zero closest to the passband gives an attenuation of 40dB or greater over
a 50kHz band, as seen in Figure 4.8. For 60dB attenuation the band is about 5kHz
wide. The zeros located further from the passband give greater attenuation. For
applications which require greater attenuation of out-of-band signals, an analogue

bandpass anti-alias filter at the input to the converter will be required. One such

41



anti-aliasing filter is outlined below in section 4.2.4.
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Figure 4.9: Maximum Baseband Magnitudes For Sweep Of Input Signals To Sampling
Network

4.2.1 Sampling Capacitor Mismatch Effects

The Sampling Network will be affected by mismatches in the sampling capacitors, the
effect of which can be understood by considering the transfer function of the sampling
network. In the ideal case, the circuit has a form of bandpass Sinc transfer function

for each channel:

Hi(z)=1—z 2424 -2 5428, 4.1)

Ho(z) =2zt =23 420 2 T42%— ... (4.2)
As all the capacitors are the same size, all the coefficients are the same (normalised
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to 1) and the zeros of this filter are equally spaced in the frequency domain about the
passband at fs/4 as shown in Figure 4.7.
Where the capacitors are mismatched, they differ from the nominal value of 1 and

so the transfer functions become:

4

Hi(z) =ap—apz 2+ asz * —agz C+agz —... 4.3)

Hg(z) = aiz  —asz P taszd —arz T +agz? — ... (4.4)

where a; = 1 + error(i), with error(i) the error in the ith capacitor. If |error| << 1,
the new filter has a similar transfer function to the ideal case but with slightly differ-
ent zero locations. The effect of the new zero locations is to allow more noise to be
aliased into the baseband as the zeros no longer sit at exactly those frequencies which
are aliased to DC by the decimation. A comparison of an ideal decimate-by-sixteen
Sinc transfer function with one where the capacitors (coefficients) have a 2% random
mismatch is shown in Figure 4.10. As can be seen, in spite of the large mismatches
present, the transfer functions are almost identical, differing only in the locations of

the zeros.

4.2.2 Randomising Capacitor Order

The mismatch problem can be alleviated somewhat by changing the order of the sam-
pling capacitors at each cycle. This has an averaging effect as each batch of samples
is filtered by a slightly different filter and in the frequency domain the overall effect is
a filter with ‘shallower” and narrower (than ideal) zeros at the correct locations — i.e.,
back at multiples of the sampling rate.

Figure 4.11 shows a zoomed-in view of the first zero of the randomised sampling
filter compared with the ideal sampling filter. The plot was generated by averag-
ing one hundred 16384-point FFTs of a 16-capacitor sampling filter (eight capacitors
per channel) with 1% random mismatch errors and randomising the capacitor order
between each batch of samples. The sampling rate is 42.8MHz, corresponding to a
centre frequency of 10.7MHz and a first zero at 13.375MHz. The randomising of the

order is done in a similar manner to the randomising of the segments in a mismatch-
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Figure 4.10: Transfer Functions for Ideal and Mismatched Sampling Capacitors

tolerant multibit DAC [6], described in chapter 5.

4.2.3 Other Mismatch Effects

The converter presented in Figure 4.3 shows two Sigma-Delta modulators, one each
for the I and Q channels. Better matching between the channels is obtained by using
a single modulator running at twice the speed and multiplexing the two, as in [25].
The use of two sampling networks may also give rise to errors due both to mis-
matches between the two circuits and to uneven clock phases [42]. While ways of alle-
viating these potential problems have not been investigated in this work, the adaptive
filtering method proposed for double-sampling capacitors [42] should be extendable

to this case.
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4.2.4 Anti-aliasing Filter

To further attenuate out-of-band signals which would otherwise be aliased down into
the baseband (the baseband being the final output of the digital filter), an analogue
bandpass filter at the input will be required in some cases. Signals which are aliased

into the baseband fall into two categories:

e Signals less than the baseband width from multiples of the modulator clock rate

from the passband centre.

e Signals at greater distances from the multiples.

The Sampling Network strongly attenuates signals of the first category as the zeros
of this filter lie at those frequencies which get aliased to DC and frequencies close to

these are attenuated. If a wide baseband width is required, an analogue anti-aliasing
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filter will also be needed to attenuate signals which are more than a few kHz from
the zeros. Signals of the second category are not strongly attenuated by the Sampling
Network, but they lie outside the baseband after decimation to the modulator clock
rate and are removed by the digital filter stage before decimation to the Nyquist rate.

The anti-aliasing filter is simpler than the anti-aliasing filter required for an under-
sampling converter because its effect is combined with that of the sampling filter. For
example, with the 42.8MHz sampling, sixteen times decimating, filter mentioned ear-
lier, if a 50kHz bandwidth is required with 80dB attenuation of aliased signals, then
the analogue bandpass filter needs to have an attenuation of 40dB at 2.675MHz each
side of the 10.7MHz passband centre.

4.2.5 Modified Sinc Filter

A modification to the standard Sinc filter architecture is needed for use with the “Chop-
ping & Downconverting” modulator. Recall that the I and Q samples are obtained by
multiplying the input by 1,0, —1,0, ... and 0, 1,0, —1, ... sequences respectively, which
are 4-sample Sine waves of period f,/4. After decimation to the modulator sample
rate, the samples may be processed by separate Sigma-Delta modulators, which will
mean that they will be available to the Sinc? filter at the same time, and in phase, or
on alternate cycles of a single modulator, and so 180° out of phase.

Shown in Figure 4.12 is an interpolating Sinc? filter. There are two filters in paral-
lel, the I and Q samples are assumed to arrive at the same time from the modulator(s)

and are applied to the filters as shown in table 4.1.

Time | I Filter Input | Q Filter Input
0 I

olk=lk=l=llOolk=]

Q1 x| W N =
ol o|lo|o

Table 4.1: Interpolating Sinc Filter Operation
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Figure 4.12: Interpolating Sinc Filter To Restore Quadrature

4.2.6 Example of FM signal Converted and Demodulated

The FM signal of Figure 3.5 was applied to the bandpass modulator sampling at
42.8MHz (carrier frequency of 10.7MHz, corresponding to the usual IF for FM ra-
dio receivers) and decimating by 32. The output I and Q channel bitstream FFTs are
shown in Figure 4.13.

The bitstreams were filtered using Sinc® digital filters and the resulting filtered
I and Q channel signals applied to the FM demodulation circuit (Figure 3.6). The
final output of the system is the MPX (multiplex) baseband signal shown in Figure
4.14. Visible in the plot are the L+R, 19kHz pilot tone and L-R components, with the
L-R modulated to 38kHz.

4.2.7 Similar Architectures

An application of a similar downconversion architecture used with a successive ap-
proximation converter has been reported recently [43]. This method is described as
‘Multiple Sampling, Single A/D Conversion’. A sampling network similar to that
used here is used but with different-sized capacitors, giving a bandpass Sinc? re-
sponse. This gives greater attenuation of aliases than the Sinc used in this work,
at the expense of greater complexity. It also effectively combines the interpolation
function of the Sinc filter outlined above with the Sampling Network.

The fact that the A/D converter used in [43] is a successive-approximation type
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Figure 4.13: FFTs of I and Q modulator bitstreams

means that it does not offer the same opportunity to attenuate of out-of-band signals
via the digital filter stage.

A very low power Sigma-Delta modulator with integrated mixer is reported in
[44]. The passband of the converter is centred on 10MHz and the mixer consists of
a MOS switch with the gate connected to a local oscillator, similar in principle to the
mixer of [25] or the first version proposed above. The low power consumption of the
circuit arises from its use of a passive low-pass filter within the modulator to shape

the quantization noise.
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Chapter 5

Multibit DAC Architectures

As mentioned in chapter 2, a number of architectures for multibit Sigma-Delta con-
verters have been investigated. While single-bit modulators have the advantage of
being tolerant of component mismatches, because the ADC and DAC have only two
levels and so the DAC is inherently linear; multibit modulators provide greater reso-
lution, speed and ease of design. For example, if a three-bit ADC/DAC combination
is used in a second-order modulator, two extra bits of resolution are obtained for the
same clock rate or the same resolution for a reduction in clock rate of almost two (a
second-order modulator gives 2.5 bits extra SNR per doubling of the clock rate).

As well as simply attenuating the quantization noise at all frequencies, multibit
modulators can employ better noise-shaping filters than their single-bit counterparts
as the systems are inherently more stable. For example, the noise transfer function
depicted in Figure 5.1 is that of a published fourth-order single-bit modulator ([13]),
which uses integrator gains of 1/2, 1/4, 2/9, 1/9. These gains were chosen to give
stability but do not represent the nominal fourth-order noise-shaping response. As
can be seen from the Figure, the “shoulder” where the noise slope levels off to zero is
at a relatively low frequency.

The nominal fourth-order noise-shaping transfer function ((1 — z71)*) cannot be
implemented with a single-bit modulator due to instability, but such a system can
be stable with a multibit quantizer. Figure 5.2 is a plot of the output from a mod-
ulator with the nominal fourth-order transfer function with a 17-level quantizer and

DAC. Compared with the single-bit case, the quantization noise is lower and the
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Figure 5.1: Fourth-Order Single-Bit Modulator Output

noise-shaping slope continues to rise towards f;/2. Note that in this Figure some
limitations of the 4-sample Blackman-Harris window used for the FFT are visible —
high sidelobes and a flattening of the noise at low frequencies. This could be a prob-
lem if very high SNR was required; in such cases a different window, possibly the
Gaussian, should be used.

The price paid for this much improved SNR is sensitivity to component mismatches
in the DAC, which introduce noise and harmonics of the input signal into the base-
band.

The work presented in this chapter concentrates on applying noise-shaping tech-
niques to low-resolution DACs for use as part of Sigma-Delta converters; however,
the principles are applicable to any oversampling DACs.

Extensions of the mismatch-shaping schemes to conventional 2-stage (DAC-SubDAC)
and R-2R architectures are possible, as described separately in “Mismatch Noise Shaper

for DAC-SubDAC Structures” listed in appendix A.
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Figure 5.2: Nominal Fourth-Order Multi-Bit Modulator Output

5.1 Effects of Mismatch on Multibit Performance

A typical multibit Sigma-Delta A/D converter is shown in Figure 5.3.

Multibit Sigma-Delta D/ A converters can be realised either by using multibit quan-
tization within the Sigma-Delta loop in a digital version of the circuit in Figure 5.3 or
through the popular MASH noise-shaping schemes where the outputs of two or more
one-bit modulators are combined digitally before being passed to the DAC.

In either case, it is the analogue multibit DAC which is the most critical component
from an accuracy viewpoint because, although non-idealities in either the ADC and
DAC lower the SNR of the overall converter, errors in the DAC are not noise-shaped
by the loop, being added directly at the input. Any error introduced at the ADC
will be noise-shaped in the same manner as ordinary quantization noise. (ADC non-
linearities can introduce tones and, as outlined in chapter 2, tones are shaped at 6n dB

per octave increase in sampling rate, compared to (6n + 3) dB per octave for white
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Figure 5.3: Multibit Sigma-Delta A/D Converter

noise, where n is the order of the noise-shaping loop).

Mismatches between DAC segments give rise directly to non-linearities and noise. Non-
linearities appear as tones at harmonics of the input frequencies rather than white
noise so they are not attenuated by oversampling. The level of matching achieved on
modern VLSI fabrication processes is of the order of one part in a thousand (~ 10-bit
resolution) while the resolution required from a converter for audio applications may
be 16 bits or more. Therefore, mismatch errors must be overcome if these resolutions
are to be achieved with multibit converters.

In most multibit Sigma-Delta modulators, the ADC and DAC are of low resolution
(typically 34 bits) so a fully-segmented architecture may be used for the DAC. For
example, this may be implemented as a bank of capacitors in parallel connected to a
summing junction, as shown in Figure 5.4.

Depending on the DAC code being represented, a certain number of the capacitors
are connected to the reference voltage by setting their control signals (c1-c4) high and
the others connected to ground. In the thermometer-encoded fully-segmented DAC,
the same segments are always used to make the same codes —i.e. segment 1 for code
1, segments 1 & 2 for code 2 and so on. If, for example, the DAC is composed of seven
segments each of nominal value 1.0 but actual values 1.0,1.1,1.0,0.9,1.1,0.9, 1.0, and

these segments are used in the conventional manner, then the analogue output will
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be 0,1.0,2.1,3.1,4.0,5.1,6.0, 7.0 for an input ramping from 0 to 7. Therefore the con-
verter exhibits Differential Non-Linearity (DNL) as the codes have different widths.

An example of the effects of mismatch between segments of a 3-bit DAC in a
fourth-order Sigma-Delta A/D converter can be seen in Figure 5.5 which plots an FFT
of the output of the same 4-bit fourth-order modulator as previously, but now with
a 1% mismatch in the DAC segment values. Compared with the plot in Figure 5.2,
there are harmonics of the input tone present and the noise floor is higher.

While a 1% mismatch is pessimistic compared with what is achievable on standard
fabrication processes, a factor of 10 improvement in matching would only shift the
noise floor down by 20dB.

Aside from the expensive option of laser trimming the DAC segments of each die
at test, several approaches have been proposed for overcoming mismatch-induced

noise:
1. Calibration Schemes
2. Randomising the Error
3. Clocked Averaging and Individual Level Averaging
4. Noise-shaping
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Figure 5.5: Effect of DAC mismatch

5.2 Calibration

Early reported multibit implementations [27] calibrated the DAC using a calibration
cycle before the conversion process. A schematic of a D/A converter from [45] is
shown in Figure 5.6. The EPROM in the feedback path outputs the sixteen-bit dig-
ital equivalent of the DAC’s analogue output. Calibration of the system involves
reconfiguring to form a single-bit Sigma-Delta A /D converter and feeding it as input
a digital ramp passed through the DAC — the filtered digital output from the Sigma-
Delta provides the nonlinearity data to be stored in the EPROM [45]. Calibration
can be carried out automatically on power-up; it may also be necessary to repeat the
operation as component values can change with temperature during operation.
Calibration schemes which operate continuously and transparently to the opera-
tion of the converter have also been used. In [31], a 5-bit DAC is composed of 32
current sources so that there is at least one redundant element at all times. On each

cycle a different ‘unused” element is calibrated against a master current source and so
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the calibration is transparent to the operation of the DAC.
Promising calibration schemes for solving the gain mismatch problem in mul-
tistage (MASH) [23] and double-sampling converters [42] have recently been pro-

posed. In [23], the quantization noise itself is used as the reference input signal.

5.3 Randomising Structures

The main problem associated with DAC non-linearities is that they give rise to distor-
tion, i.e. noise concentrated at multiples of the frequencies present in the input. If
these tone frequencies are in the baseband, the SNR is reduced considerably. For au-
dio, the Spurious-Free Dynamic Range (SFDR) is directly reduced by such tones. In
a DAC where the output is produced by combining a number of nominally equal ele-
ments, by randomising the selection of elements used at each conversion, the tones are
converted to white noise which is spread over the entire 0 — f;/2 range [46]. A ran-
domising 3-bit converter has been implemented by Carley [47] which uses a system of
swapper cells similar to FFT butterfly cells to randomise the segment selection. Be-
cause the resulting mismatch noise has a white spectrum, an improvement in SNR of
3dB per doubling of oversampling rate is obtained by this method. Perhaps more
significantly, because the scheme is a randomising one, tones arising from DAC mis-
matches are reduced significantly, which is important for audio applications where

such tones can be audible even when close to the noise floor [2].
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5.4 Clocked Averaging and Individual Level Averaging

An early version of Clocked Averaging, referred to as Dynamic Element Matching,
was proposed by Van De Plassche [48] as far back as 1976. This method involves hav-
ing a number of combinations of DAC elements to produce each code and swapping
between the combinations during each conversion.

This method can be extended to many bits but it can be shown that the method
can introduce tones in the passband [26] for certain inputs to the overall Sigma-Delta
modulator.

Individual level averaging (ILA) is a derivative of clocked averaging which seeks
to individually average out over time the error from each DAC code. It does this
by using a different combination of segments to produce each code every time it is
requested [49]. This system removes the interaction between the modulator and the
DAC averaging system which results in distortion for Clocked Averaging.

A counter is maintained for each code which is incremented each time that partic-
ular code is used and this counter is used as a pointer to the set of segments to use
the next time that code is requested. If the input is a constant, then the DAC will
cycle through all combinations of segments to produce that code so that the average
value of the output is correct. ILA has been shown to achieve first-order shaping of
the mismatch noise but is not as effective as the schemes described below as the noise

levels are higher.

5.5 On the Comparison of Mismatch Shaping Schemes

In the following sections a number of different schemes for shaping the mismatch er-
ror in a DAC are presented. One metric to compare the schemes is the order of the
mismatch shaping they achieve; however, schemes with the same mismatch-shaping
order can have different performances in terms of mismatch noise shaped out of the
passband. This is analogous to the situation for different Sigma-Delta modulator
architectures, where two topologies may have the same order noise-shaping but dif-
ferent performances in shaping noise out of the baseband, as described earlier (see

Figure 2.5). In this context, the better schemes for mismatch-shaping the errors in
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DAC segments use the segments in such a way that the time during which all seg-
ments haven’t been used the same number of times is minimised. This is explored
more in section 5.8, but in a qualitative manner it is clear that ILA, which corrects each
code individually will not be as effective as a scheme which attempts to use the DAC
segments equally directly. Likewise, a derivative of the Queue system described be-
low, the Randomised Queue [50], [51], has a random element in which segments are
used next and turns out to have a lower performance than the Queue. The lower
performance is interpreted as stemming from the fact that individual segments can go
longer times without being used in this scheme than in the standard Queue, which is
the best first-order scheme from this point-of-view.

From a frequency point-of-view, the situation is exactly the same as for the Sigma-
Delta quantization noise shapers — better schemes shape more of the noise to high
frequencies. Thus, they have a shoulder in the mismatch noise transfer function at
higher frequencies than worse schemes — while the slope of the transfer function is
the same, the system with a shoulder closer to f;/2 will have lower mismatch noise at

low frequencies.

5.6 Noise-Shaping the Error

While the ILA mismatch noise-shaping method attempts to average segment usage on
a ‘per code’ basis so that, on average over time, each code has the correct value, better
results can be obtained by averaging on a “per segment’ basis. The first widely-known
implementation of a noise-shaping mismatch shaper was published by Baird & Fiez
[52] in 1995 and a more general topology was proposed by Schreier [32]. However,
Story’s United Kingdom and United States patents granted in 1989 and 1992, respec-
tively, [53, 7] describe a first-order system similar to that of Baird & Fiez and obviously
pre-date it by some years. A general mismatch-shaping system is depicted in Figure
5.7, based on Schreier’s work — [32], for the case of a 3-bit (7 segment) DAC.

There is a separate digital filter, for each DAC segment, in the Segment Filters block
in the Figure, with its input connected to its associated segment control line, so that if

a segment is selected its filter gets updated. The outputs of these filters are sorted in
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Figure 5.7: Mismatch Noise Shaping

order of lowest to highest value by the sorter block. An associated selector chooses
the segments with lowest filter outputs to use next. For example, if the DAC input
code is 4, then the segments associated with the filters with the four lowest values
will be used in forming the analogue output. Being “used’ corresponds to a logic
‘1" being asserted on a segment’s control line and the four filters associated with the
four segments will be updated with inputs of logic ‘1” and the other three filters with

7

logic ‘0’.  This segment selection logic has the effect of keeping the filter outputs as
equal to each other as possible. The filters themselves are usually composed of one or
more digital integrators — i.e. similar to the loop filters used in a digital Sigma-Delta

modulator.

Analogue
Output

J—{ DACelement |———

Possible implementations for first- and second-order noise-shaping filters are shown

in Figures 5.8 and 5.9, respectively. The first-order filter of Figure 5.8 may be imple-
mented very simply using a circuit similar to that of Figure 5.10 (b). In Figures 5.8
and 5.9, the “Difference:.” input can be taken to be the segment select line. The filters
fit in the Segment Filters block of Figure 5.7.

The choice of filter is important; the filters shown in Figures 5.8 and 5.9 are effec-
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Figure 5.8: First-Order Mismatch-Shaping Filter

tively first- and second-order Sigma-Delta loops and extension of mismatch-shaping
to high order filtering would bring with it the danger of instability, where the filter
overflows. The second-order filter shown can, in fact, become unstable for certain
input sequences. In these cases, the mismatch-shaping performance is reduced. Sim-
ulations show that if the input sequence consists solely of even numbers, the filter at
the root end of the tree (architecture described later) will overflow and the mismatch
noise will be shaped by a first-order response only. Other sequences will also impair
the performance but in practice these are unlikely to be encountered if the DAC is
used in a Sigma-Delta A/D or D/A converter as the input should be ‘busy” enough to
avoid such sequences.

In practice, first- or second-order mismatch-shaping is likely to be adequate in
almost all cases — published commercial implementations have so far been limited to

first- or second-order shaping — e.g. [29], [12].
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Figure 5.9: Second-Order Mismatch-Shaping Filter
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5.6.1 Mathematical Basis for Mismatch Noise-Shaping

It will be shown in this subsection that the mismatch error from a segmented DAC can

be minimised by using the individual DAC segments either:
1. Equally
2. In a fixed proportion.
3. At a constant rate

The usage, S;, of a segment ¢ is defined here as the fraction of time that segment
i is used by the DAC to form a code. For example, if 7 is used 50% of the time, then
S; = 0.5.

For case (1), the segment usage is proportional to the input signal — e.g. if the
input has an average value of 63% of full-scale, then each segment is used 63% of the
time, S; = 0.63. Case (2) is similar, except that the segment usages of each segment
need not be the same, though still proportional to the input.

In the frequency domain, cases (1) and (2) correspond to error components at the
input frequency, i.e. gain errors; while case (3) gives rise to a component at DC, i.e. an
offset.

Most of the architectures use the segments as equally as possible (option 1) —
e.g. the ‘Simple Queue’ uses the segments in a cyclic order so the number of times
any segment has been used can differ by at most one from the number of times any
other segment has been used. However, it will be shown that using the segments in
the same proportion (2) or even independent of the input code (3) also minimises the
error.

The usage of a segment ¢ can be given by:

Si=a;+b (5.1)

where a; is a proportional (to the DAC input code) usage constant for that element
and b is constant usage. For example, if a; = 1,b = 0, then segment ¢ will be used in
direct proportion to the input — if the input is 50% of full scale then segment ¢ will

be used 50% of the time and so on. Obviously, a DAC which has a usage S; = b has
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limited use because the output is not a function of the input and is a constant, apart
from mismatches.

For a DAC of n segments the sum of the DAC errors after some time is:

n n

> " Siki = (a; + b)ki = Error (5.2)

i=1 i=1
where k; = error in segment 4, i.e. the difference between the actual value of the seg-
ment and its nominal value.

Note that the sum of all the segment errors is zero if gain errors are ignored:

ki =0 (5.3)
1

n
1=

Expressing the proportional usages of each segment in terms of that of segment 1
gives: ap = pai,a3 = qai,...,a, = ra;, where p, g, ... r are constants of proportional-
ity. For example, if p = 2, then ay is used twice as often as a;.

n

n n
Z(ai + b)k}z = (a1 + pa1 +qa1 + ... + ral) Z k; + Z bk; (54)
=1 =1 =1

Lettingt=1+p+q+...+71,

n n
tay Z k; +nb Z k; = Error (5.5)
i=1 i=1
Using 5.3, we get:
n n
ta1 Y ki+mnbY ki=0 (5.6)
i=1 i=1

This means that if the segment usages are either: (i), proportional to the input DAC
code or (%), a constant, that the only error due to mismatch will be a gain error. Note
that the constants of proportionality between each segment’s usage and the input need
not be identical, as long they are fixed. This means that mismatch-shaping structures
can be derived which use segments unequally.

In practice, unless the input is a constant zero or full scale, these conditions cannot

be met at all times. For example, if it is desired to keep all the segment usages equal,
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then this may be achieved after some time ¢ but if the next DAC code does not use all
the segments (or none of them) then the usages at time 7 4 1 will not be equal.

The mismatch-shaping filters are used to ensure that the usages are kept as equal
as possible in the frequency band of interest by keeping the filter outputs as equal to
each other as possible. As this is usually the low-frequency region, suitable filters
can be made from the integrator cascades shown earlier (Figure 5.8). If the overall
converter is a bandpass converter, then a bandpass mismatch-shaping filter is needed,

as described in [54].

5.7 Efficient Architectures for Mismatch-Shaping

Direct implementation of the mismatch-shaping algorithm proposed by Schreier [32]
is expensive in terms of silicon area and time. Vector quantization is needed to sort
the mismatch-shaping filter outputs where the filters are of order greater than one
[55]. A number of other schemes which have appeared in the literature are outlined
here along with a new tree structure for mismatch-shaping DACs which offers re-

duced area and increased speed when compared with other implementations.

5.7.1 Data-Directed Scrambler

Adams & Kwan [28] have patented the first-order mismatch noise-shaper shown in
Figure 5.10 which has been used in Analog Devices D/A converters [29]. Figure 5.10
(a) illustrates an 8-segment Scrambler while 5.10 (b) illustrates the swapper control
logic at each node. In Figure 5.10 (b) the inputs Input 1 and Input 2 are the inputs to
the swapper block and the Swap output is the swapper control signal. The Scrambler
structure requires N/2 x logs(N) filters and swapper cells as well as a decoder! to im-
plement an N-segment DAC, which is larger than the N —1 filters and associated logic
required for the tree implementation. The structure gives first-order noise-shaping
performance as presented, using a latch and two EXOR gates for each filter, but the

mismatch noise level is usually higher than for the tree proposed here. This is most

1The decoder to convert from binary-encoded to thermometer code can sometimes be omitted, as
mentioned later.
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likely due to a similar effect to that described later for the Randomised Queue — more
segment combinations for each code are possible with the Scrambler scheme than with
the Queue or tree (first-order) so the average mean-squared error will be larger and
hence the noise levels will be higher. On the other hand, simulations indicate it has
a whiter noise spectrum than the tree, probably due to a longer time taken to repeat
the patterns. Higher-order shaping is possible by replacing the EXOR gates and latch

with a higher-order filter.
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Figure 5.10: Data-Directed Scrambler Mismatch Noise Shaper

This scheme takes as input thermometer-encoded words, while the tree introduced
here uses a binary-encoded input. Flash converters, such as might be used for a low-
resolution ADC, normally give a thermometer-encoded output so the binary encoding

isn’t needed in the critical speed-path between the ADC and DAC.
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The Scrambler scheme has some similarity to the ILA scheme, as the thermometer-
encoded input always uses the same segments for the same codes, while the binary-
encoded input used by other mismatch-shaping schemes has no information about
which input bits are set. The effect of this feature has been simulated by creating a
new scheme, called here RandomAdams, by adding a randomising stage to the input
of the first bank of swappers. As can be seen from the block diagram of the randomis-
ing stage (Figure 5.11), it randomly orders the connections between the thermometer-

encoded input and the Adams scrambler.
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Figure 5.11: Randomiser Stage for RandomAdams Scheme

A comparison of the shaped mismatch noise plotted against normalised frequency
for the two systems is shown in Figure 5.12. The original Scrambler scheme is at the
top, the new scheme at the bottom shows a ‘cleaner” frequency spectrum and lower
noise at low frequencies. This performance improvement can be explained in terms

of the randomiser removing the relationship between code and segment used.

5.7.2 Queue Structure

The best-known noise-shaping DAC described in the literature is the Data-Weighted
Averaging method [52], here called the Queue. It can be seen as a special case of the
more general family of noise-shaping DACs in which the mismatch-shaping filters are

of the first order. In this case, the segment usage counts (filter outputs) can differ
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Figure 5.12: Mismatch Error of Adams Scrambler (top) Compared With Rando-
mAdams

by at most one so the segments can be arranged into a circular queue with the most
recently used segment at the end. This structure can be implemented using a counter
which points to the next element of the queue to use [7]. At every cycle, the current
DAC code is added to the counter to update it to point to the next segment to use. A
block diagram of the Queue structure is shown in Figure 5.13. Here, a barrel shifter
is loaded with a thermometer-encoded version of the input code and the number of

shifts set by adding the input code to the integrated total in the counter.

5.7.3 Randomised Queue

The standard Queue described above uses its segments in a strict sequence, keeping

the number of times each segment has been used equal, as far as possible. When
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Figure 5.13: Simple Queue DAC using Barrel Shifter

all segments have been used equally, the next segment to be used is always the same
— that is, the start of the Queue is always in the same place. A practical effect of
the Queue is that a DC (fixed code) input to the DAC will cause the mismatch noise
to appear as tones rather than to be noise-shaped. This is because there are n dif-
ferent combinations of segments used to produce each code in an n-segment Queue
DAC and if the code and n are relatively prime, tones at multiples of f;/n will be
produced. If the code and the number of segments are not relatively prime, the quan-
tization noise will be “‘whiter’.

A modified version of the Queue [50], [51], called the Randomised Queue, can be
made by choosing randomly which segment to use next when there is a choice. In
this system the segments are always in two groups — those which have been used
more than average and those which have been used less. The Randomised Queue
chooses randomly from within the group of those which have been used less than
average when picking the next segment to use. This randomly changes the order of
the Queue and so eliminates tones from the output because there is no cyclic error
component.

Intuitively, having an extra degree of freedom in the elements to choose ‘next’

might provide better noise-shaping. However, as mentioned earlier and seen later
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in a comparison of the various algorithms, this was not the case. The output was
tone-free but had noticeably higher mismatch noise levels in the baseband in most
cases.

A comparison of the outputs of the Queue and the new Randomised Queue is
shown in Figure 5.14 for an input code of ‘5" to a 15-segment DAC. As can be seen,

the output in the Queue case is tonal but tone-free in the Randomised Queue case
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Figure 5.14: Comparison of Mismatch Noise for Queue and Randomised Queue for
Steady-State Input

The Randomised Queue can be implemented by dividing the segments into groups
of ‘used’, which have been used more than average, and “unused’, which have been
used less than average, and swapping around at random the order within each group. This
is simulated having a queue of pointers to segments and swapping the pointer values
around. In hardware, the pointers could be RAM addresses and the RAM contents
the DAC segment select lines. The randomisation is carried out by swapping values

around within the two groups controlled by a pseudo-random binary sequence.
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5.7.4 Tree Structure Mismatch Shaper

An efficient structure for the implementation of mismatch-shaping DACs of any order
was introduced by Galton [56]. Its efficiency results from the fact that a simple binary
tree replaces the vector quantizer/sorter of Schreier’s scheme [32]. This tree structure

DAC is illustrated in Figure 5.15.

l Input code

DAC Segment Control Lines

Figure 5.15: Tree Structure DAC

As can be seen, for an n-segment DAC, there are n — 1 nodes in the tree, each
containing a node filter and associated logic.

The operation of the DAC of Figure 5.15 is as follows:

e The input code to a node is divided by two and the halves passed to nodes on

the next level (left and right branches).

e Any remainder is added to either the left or right branch, depending on the filter

output sign
e The node filter is updated with the difference between the output branches.

e At the leaf node, the branch outputs drive the segment select lines directly — at

this stage, the output value can be only 0 or 1.
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The order of the mismatch-shaping achieved is the same as that of the node filters
and the filter outputs are sorted hierarchically by effectively dividing up the DAC
segments into two groups and sorting between them and then dividing each group
recursively until the input DAC code has been distributed. As will be seen later, as
well as being efficient in terms of hardware, this gives the same results as a Schreier
DAC in the first-order case and is effective also with second-order filters.

In the published results [56], Galton uses multibit quantization in the second and
higher-order node filters and his first-order filter has four states (two of them equiv-
alent). In the Improved Tree Structure presented below, the single-bit quantization fil-
ters of Figure 5.8 and 5.9 are used. There should be little difference in performance,
though multibit high-order filters may have greater stability — as mentioned earlier,

mismatch-shaping performance is reduced if overflow occurs in the filters.

5.7.5 Yasuda & Tanimoto Tree

Another structure has also been reported in the literature [55, 12] which also places the
mismatch-shaping filters in a tree. The mismatch-shaping filtering performed in this
architecture is analogous with the error feedback Sigma-Delta architecture, which filters
the feedback signal directly. Compared with either the Galton tree or the simplified
architecture described next, this version appears to offer similar performance but with

a higher gatecount.

5.7.6 Improved Tree Structure

A new implementation of mismatch noise-shaping using a tree structure has been de-
veloped during this project, which offers mismatch shaping of any order (subject to the
stability of the mismatch-shaping filters themselves) with reduced circuit complexity
compared to the Galton architecture.

An example of this tree structure for a three-bit DAC using current sources as the
DAC elements is illustrated in Figure 5.16. Each node in the tree has two inputs — one
is the DAC code bit corresponding to the level within the tree at which the node resides
(i.e. LSB at the root end, MSB at leaf end) and the other is a branch input from the node

one level higher up. Effectively, the input DAC code is divided by two at each stage
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along the tree, in a similar manner to the Galton Tree outlined above. Where the
division leaves a remainder, this is added to one of the branches, depending on the
state of a filter output at that node. For first-order mismatch-shaping, this is a simple
toggle bit indicating which branch has received the carry bit more often as in Figure
5.8. The input to each node filter is the difference between its branch outputs.

In contrast to the Galton Tree outlined earlier, single bits are propagated down
the tree, so the complexity of the node logic does not grow with increasing input
wordlength. Also, the structure of the tree itself is different, as input DAC code bits
are added at each stage rather than using the whole DAC code as the input to the root

node.
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/ / N
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DAC elements

Figure 5.16: Improved Tree Structure DAC

The logic functionality at each node is depicted in Figure 5.17, which is similar to

the swapper logic used at each node of the Data-Directed Scrambler. Some simplifica-
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tion is possible at the root node as there is normally no branch input to this node (input
from higher-up node), so this can be grounded to give the logic in Figure 5.18. Alter-
natively, as the tree has 2" segments for an n-bit input, giving 2" + 1 levels, it may be
useful to use an ADC that has 2" + 1 levels rather than the normal 2" levels. When
set, the MSB input now indicates that all the segments are to be used; the root node is
now identical to the others, taking the MSB as its branch input. In this version, the
node inputs from the DAC code bits are ORed with the MSB so that all bits are set to
logic 1 when the MSB is high.

DAC bit(i)
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Filter
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Figure 5.17: Node Logic
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Filter
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Figure 5.18: Root Node Logic
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Where first-order only filtering is required, the tree structure can be more efficient
than a barrel shifting Queue implementation, especially where there are many seg-
ments in the DAC and so the barrel shifter would need to run at a very high speed. In
the first-order case, a further simplification is possible, reducing the number of storage
bits to logz(n) instead of n — 1 bits. This is illustrated in Figure 5.19 for an 8-element
DAC. In this implementation, the filters are removed from the nodes and replaced
by an accumulator with combinational logic to generate signals F1-F7 which drive
the nodes where the filter outputs were previously used. The logic block emulates
the response of the node filters to the input — for an 8-element DAC with first-order

mismatch shaping, there are only eight possible states.
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Figure 5.19: Reduced First-Order Tree

The main advantage of the tree structure is that it can be extended to high-order
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noise-shaping and here the fact that the sorting is carried out implicitly means a saving
in area over the fully-sorting implementations. Further, the order of noise-shaping
employed need not be the same at all stages. At the root of the tree a simple first-
order noise-shaping strategy can be used and second-order noise-shaping used further
down the tree.

There are two disadvantages to the tree structure compared with a fully sorting
scheme; primarily, the sorting of the filter outputs is not complete where the mismatch
shaping filters are of order greater than one. This is because there is no overall sorter,
each node decides between two outputs and so on down the tree. Thus, the segment
selection is not the same as for the fully sorted scheme, which degrades slightly the
shaping which can be achieved. Secondly, for an m-bit input, 2™ segments are needed
rather than 2™ — 1, which means a slight increase in area and a small reduction in
performance as the segment selection sequence is longer. The latter is not a serious
disadvantage as the extra DAC level can be used by adding an extra level to the ADC
and the “All on’ signal system described in section 5.5.3.

Simulations confirm that for higher-order shaping filters the tree structure is less
effective at mismatch error-shaping than an equivalent fully-sorted noise-shaping DAC. A
comparison of the shaped mismatch error spectra of a tree structure DAC and a fully-
sorted DAC is shown in Figure 5.20. Both converters use second order feedfor-
ward filters as shown in Figure 5.9 shaping a 1% random mismatch in an eight-level
DAC. Both systems have second-order shaping of the mismatch noise but the tree
produces a level of noise which is up to 10dB higher at low frequencies. The tone at
fs/250 in both spectra is a gain error related to the system input which is a Sine wave
at this frequency, and so can be ignored.

A randomising version of the “Improved Tree Structure” has recently appeared
in the literature [57]. In this version, the node filters are replaced by random se-
quences, so that there is no mismatch-shaping but a random choice of elements. The
benefit is that any tones are converted to white noise and thus harmonic distortion is

reduced. The performance of this system should be the same as the Carley DAC [47].
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Figure 5.20: Comparison of Tree DAC to Complete Sorting DAC for Second-Order
Mismatch Shaping Filters

5.8 Comparison of Mismatch-Shaping Algorithms

A number of different mismatch-shaping algorithms for multibit DACs have been pre-
sented above. To fully compare the different algorithms, many simulations have been
carried out with different sets of segment errors. It was found that the nature of the
segment error — i.e. in a queue system, whether the errors are random or a gradient
— has a great bearing on the comparative performance of some of the algorithms.
The systems considered here are the Queue, the Randomised Queue and the Data-
directed Scrambler. Tree structures with first-order filters are equivalent to the Queue

so these can be considered to be included in the Queue category.
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5.8.1 Queue and Randomised Queue

The Randomised Queue has some interesting properties compared with the Queue. As
previously noted, the mismatch noise output is free of tones but the noise is usually at
a higher level than with the Queue. This higher noise level arises because the Queue,
which always using adjacent segments together, deals with a small subset of all the
possible errors that occur in the Randomised Queue, which will use all combinations
of segments. This subset will usually have a smaller mean squared error than the
mean squared error of all possible combinations. For each type of mismatch-shaping
DAC, with n elements, there are n — 1 codes that contribute errors (zero and full-scale
don’t contribute errors). The Queue generates n segment combinations for each code,

2

giving a total of n(n — 1) = n® — n different segment combinations, therefore giving

rise to n2 — n errors. Ideally, the randomising DAC can generate all possible segment
combinations — n!/(n—1)!i!, where i is the code — giving rise to nil n!/(n—1)!4! differ-
ent errors. In most fabricated cases, the Queue’s set of cornbinal’géns doesn’t include
the segment combinations that give the largest errors and so the mean squared error is
lower. On the other hand, sometimes the Queue will incorporate bad segment com-
binations and because there is a smaller variety of combinations in the Queue than the
Randomised Queue, these will cause the mismatch noise to be worse than for a DAC
with the same segments used as a Randomised Queue.

Some simulations have been carried out to verify this proposition. A histogram
of the mean squared errors for the two systems is shown in Figure 5.21. The plot
was produced by running two 15-segment DACs with 1% random segment errors for
5,000 cycles. One DAC used the Queue mismatch-shaping method, the other the
Randomised Queue. The mean squared error over the 5,000 cycles for each DAC
was saved and the process repeated 50,000 times. As can be seen, the Queue has
a larger spread of errors, while the error spread in the Randomised Queue is nar-
rower, with fewer large errors but a median error value slightly higher than that for
the Queue. The median error for the Queue was calculated to be 219 x 1075 and
257 x 1076 for the Randomised Queue. The mean error in each case turned out to

be almost the same — 266 x 106 for the Queue and 267 x 109 for the Randomised

Queue.
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Figure 5.21: Histogram of Mean-Squared Errors For Queue And Randomised Queue

The Randomised Queue’s smaller error spread gives this topology some advan-
tages in a production environment where the yield (i.e. proportion of parts falling
within some specification) is important. For example, if the DACs in Figure 5.21 were
intended to have a mean-squared error of less than 600 x 10~¢, using the Randomised
Queue would give a much higher yield than the Queue as very few of that type have

errors larger than this value.

5.8.2 Interleaved Queue

A possibility to reduce the noise level from the Queue exists — as mentioned, the
Queue is usually better than the Randomised Queue but can be worse if the seg-
ments are “badly” ordered. The Queue DAC could (at least in theory) be calibrated
by running for a certain length of time and calculating the mean squared error and

then changing the segment order and repeating the calculation until the lowest mean
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squared error is found. For an n-element DAC there are n! arrangements of the el-
ements so it may be easier to randomise the order at each iteration and carry out a
smaller number of iterations rather than go through all the possible arrangements.

Analysis of the element errors which produce the greatest errors in the Queue in-
dicates that these are ones with large low-frequency errors, such as what is observed
when there is an error gradient across the segments. Figure 5.22 is a plot of the mis-
match error power versus normalised spatial frequency for sequences producing the
worst (“Bad 1”7 & “Bad 2”) and best (“Good 1” & “Good 2”) mean-squared error per-
formances observed from 50,000 random segment sets. For comparison, the error
power of a sequence with an error gradient across the segments is also plotted. As
can be seen, the sequences producing the largest errors are those having high error
power at low frequencies. Note that there is no error at DC as the segment values
have been normalised to eliminate gain errors.

Segment patterns with large low-frequency error components produce the worst
performance with the Queue architecture. This is because the Queue uses adjacent
segments together and if the error power is concentrated at low frequencies, adjacent
segments will have similar errors and so they are unlikely to cancel when added. If
the error power is concentrated at higher frequencies, there will be larger differences
between adjacent segments and so more of an averaging effect. This is not a sur-
prising result, and conventional thermometer-encoded DACs already use symmetri-
cal layout techniques to overcome gradient effects [58]. The Interleaved Queue [50]
is a proposed architecture which has the option at test of switching the segments to
a pattern which interleaves segments from each physical end of the queue. In this
way, low-frequency variations are changed to high-frequency variations and the noise-
shaping performance is improved considerably.

The Interleaved Queue architecture is illustrated in Figure 5.23 for an eight-segment
DAC example. The number in each register in the barrel shifter refers to the DAC seg-
ment selected by that register. In non-interleaved operation, the segments are in order
1-8; when interleaving is used, the order becomes 1, 8, 3, 6, 5, 4, 7, 2.

Simulations of 10,000 random segment errors with the Queue and Interleaved

Queue show an improvement due to interleaving in the worst case error of about
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Figure 5.22: FFT of segment errors producing good and bad Queues

30%. A histogram of the filtered mean-squared errors is shown in Figure 5.24.

Low Frequency Comparison

The mean-squared error as calculated translates to mismatch noise spread over the
entire 0 — f;/2 spectrum. For an oversampling converter, the only mismatch error
which affects overall resolution is that located in the passband. Applying an FIR
low-pass filter of bandwidth f;/20 to the DAC errors before squaring and summing
gave the results depicted in Figure 5.25. Here again, 10,000 random segment errors
are simulated for each case and a histogram of the frequency versus low-frequency
mean-squared error is plotted. As can be seen, the Queue performs far better than
the Randomised Queue or the Scrambler mismatch shapers, indicating that it achieves

better noise shaping.
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Figure 5.23: Interleaved Queue using Barrel Shifter

Even the worst case error in the Queue is approximately ten times smaller than
the corresponding largest error in the Scrambler or Randomised Queue converters,
which implies that for a converter with a reasonably high oversampling rate, (> 20),
the noise-shaping of the Queue overcomes a possibly higher total mismatch error —

any extra noise power has been pushed out of band by the loop.

5.9 Summary

In this chapter several existing mismatch compensation schemes for multibit DACs in
Sigma-Delta converters have been examined. Noise-shaping of the mismatch error is
an especially attractive approach because it involves only digital circuitry and corrects
errors continuously.

A new tree architecture has been developed, which offers similar performance to
previous algorithms, for the important first- and second-order filtering cases, with
improved hardware efficiency.

An analysis of the comparative performances of the various mismatch shapers has

been carried out [50], giving an insight into their operation, and the relative merits

80



— QJreue ----Interl eaved
2701
240
210|
180]

150

No. Sanpl es

120,
90
60/

30,

1 1.2

Mean- squared error (107-3)
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of the Queue, the Randomised Queue and the Interleaved Queue architectures. The
latter two architectures are proposed here for the first time. The best architecture, in
terms of lowest low-frequency noise, is the Queue; the two variations on it, the Inter-
leaved Queue and the Randomised Queue, offer other advantages. The Interleaved
Queue can reduce the maximum error from the Queue and the Randomised Queue,
while having greater error than the Queue, has the benefit of tone-free performance

[51].
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Chapter 6

Design of Bandpass XA Converters

Two integrated circuits have been designed and fabricated — a two-stage lowpass
modulator and a combined downconverter /modulator for bandpass conversion. This
chapter describes the design of each.

The lowpass modulator was designed to get a first pass at working silicon and to
produce a circuit which could be used to breadboard the simpler chopping bandpass
architectures. The second circuit was designed and built to prove the feasibility of the

downconverting architecture.

6.1 Lowpass Modulator IC

The first chip designed is a two-stage modulator, shown in block diagram form in
Figure 6.1.

This modulator has been implemented on the MIETEC 2.4pum double-metal, double-
poly technology and fabricated in 1994 through EUROCHIP.

As can be seen, the circuit consists of two identical second-order feedback stages
with integrator gains of 1/4 and 1/2 for the first and second integrators, respectively. These
gains were chosen after behavioural-level simulations of the modulator (difference
equations) for various inputs. They are intended to ensure operation without satu-
ration of the integrators by keeping the voltages on the integrators within a relatively
narrow range. The input to the second stage is the quantization noise of the first

stage.
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Figure 6.1: MASH 2-2 Modulator Schematic

A Fourier transform of a simulation of the output of the first stage of the modula-
tor is shown in Figure 6.2. The plot shows the effect of the low integrator gains on
the noise transfer function. Compared with the standard second-order modulator of
Figure 2.3, the noise transfer function does not have the optimal form of a cascade of
two differentiators and so there is a “shoulder” where the noise-shaping levels off at
a relatively low frequency.

As the outputs of both modulators are brought out to external pins, the circuit
can be used as either a second-order modulator using one output or a fourth-order
modulator by combining both bitstreams using external logic.

Simulations of the second stage output and the combined output are shown in
Figures 6.3 and 6.4. As can be seen in Figure 6.2, the input to the second stage is the
quantization noise from the first stage, while the combined output shows fourth order
noise shaping.

The die size is 4.4mm square and the circuit is housed in a 28-pin ceramic pack-
age. The circuit contains approximately 400 MOSFETs and has a fully-differential
structure throughout to minimise offsets and common-mode noise. The design clock

speed is 2.5MHz.
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Figure 6.2: First-Stage Output

A die photo is shown in Figure 6.5.

6.1.1 Circuit Elements

The circuit contains four op-amps, two comparators, numerous switches and capaci-
tors, as well as digital logic to generate the clock phases required to control the sam-
pling and chopping switches.

Figure 6.6 is a block diagram of one of the integrators. As can be seen, the sam-
pling of the input is done in a differential manner, each input being sampled relative
to its complementary input rather than to ground. This removes any common-mode
signal present on the input before the op-amp inputs and also doubles the signal am-
plitude.

Signals ck1 and ck2 form a two-phase non-overlapping clock. An ‘early’ version
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Figure 6.3: Second-Stage Output

of ck1, ck1d, is supplied to the switches on the op-amp side of the sampling capacitors
to reduce switch injection. As these switches open and close before those controlled
by ck1, they inject a charge onto the sampling capacitor. This charge is related to the
potential to which they’re connected — i.e. ground, which is constant and so appears
as an offset. If all switches were opened at the same time, or the switches connected
to the inputs were opened first, charges proportional to the input voltage would be
injected, which would add distortion to the signal.

The switches themselves are implemented using CMOS transmission gates with
NMOS and PMOS transistors of equal size, which should also reduce clock feedthrough
effects [59].

In the modulator, each integrator has inputs from the reference feedback and either
the modulator input or the output of the previous integrator. A fully differential

integrator from the IC is shown in Figure 6.7. Control signals srf, srfb, cr f and cr fb
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Figure 6.4: Combined Two-Stage Output

control the switching of the reference voltage, Vref, to allow the charge sampled onto
the reference sampling capacitor to be added to and subtracted from the input, Ipp
and Ipn. Using a single reference has the advantage of avoiding the introduction
of a common-mode offset signal due to positive and negative reference voltages of
different magnitudes. The reference chosen is 1.2V as a precision bandgap voltage
reference of this value is commonly available. This voltage reference is an off-chip
component in the present implementation. With this reference and the integrator
gains chosen, the input range is approximately + 0.7V. Simulations showed decreased

performance for input signals larger than this.

Op-amps

The op-amps used are fully-differential folded-cascode types, as shown in Figure 6.8.
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Figure 6.5: MASH 2-2 Modulator Die Photo

The associated bias circuitry which generates the four bias voltages is shown in
Figure 6.9. The bias current used is 2504A and the common-mode voltage output,
Vm , is ground. Both of these inputs are brought to pins so a certain amount of
adjustment is possible — e.g. to increase the op-amp output range and in turn the
input range of the converter, the bias current could be reduced, this would have the
effect of reducing the slew rate and increasing the DC gain.

The gain of the amplifier for the transistor sizes and bias current used was found
by simulation to be 70dB. The opamp used has an output swing of about 1.5 volts,
so the integrator gains were set to ensure that the voltages in the circuit did not ex-
ceed these values in simulations for a range of inputs. Reducing the bias current to
the op-amps will increase this range at the expense of slew rate, should an increased
input range be required. The op-amp used was ported from an earlier project and
its performance was deemed adequate for use in the modulator — for example, a rule
of thumb is that op-amp gain should be greater than the oversampling ratio so that

integrator leakage is not a problem [2].
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Figure 6.6: Switched-Capacitor Integrator

Chopping ([59]) is used to shift any low-frequency noise (flicker noise) or offset
introduced in the op-amp to high frequencies. In the circuit, switches are added to
swap the amplifier inputs and outputs at half the modulator clock rate. In this way,
any noise added by the op-amp is moved to half the clock frequency. An external pin
is used to enable and disable chopping.

A possible problem associated with chopping was identified with the common
mode feedback and a modified version of this was used on the second design (band-
pass converter). In the schematic shown in Figure 6.8 the common mode feedback
signals are connected directly to the op-amp outputs while in the modified version

the feedback signals are taken from the outputs of the chopping switches.

Compara ors

Figure 6.10 is a schematic of the latched comparator used which is a differential stage
with a current source switched in during ckl. The current applied at the input cbs
is 50pA and this is controlled by an off-chip current source (the pin was connected to
V' viaaresistor). The output of the circuit, s b, is the complement of the comparison

cp  cn.
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Figure 6.7: Integrator Switches
The layout for this circuit was auto-generated using the tool developed

during an earlier project [60]. The tool takes as inputs the process electrical specifica-
tions(V's, , g, etc.) and the layout design rules and produces a layout in GDS-II
format which can then be incorporated into the design.

Note that the comparator is effectively delay-less because it is clocked on the op-
posite clock phase to the integrators. Therefore, there are just two unit delays in the

loop.
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Capaci or i in
A unit capacitor size of 1pF was used — this gives a thermal noise of k& /| = 4.14 x

10~ V2 14bits resolution for a 1.4V signal. However, the oversampling rate is

typically 64, reducing the k& / noise to about the 17-bit level.

iia ecion

There are three digital sections in the circuit: the two-phase clock generator, the chop-

ping clock generator and logic to generate the srf and crf reference-switching sig-
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nals. The first two sections use cells from the MIETEC standard cell library and were
autoplaced and routed using the T I S Version 7 tools while the third
section was auto-generated with the tool [60].

A block diagram of the digital section is given in Figure 6.11 (complementary sig-

nals have been omitted).
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6.1.2 a out Considerations
As mentioned above, the digital section was autoplaced-and-routed using T
I S software. The rest of the circuit was hand laid-out using T s

hip raph tool. The normal practices of analogue circuit layout were used — the input
pairs in the opamps use an interdigitated common-centroid structure, source-drain
regions in connected MOSFETs are merged where possible and symmetrical paths are
used for differential signals. Guard bands were placed around sensitive analogue

nodes to remove charge injected into the substrate by digital switches.

6. andpass Modulator

The second IC is a bandpass modulator with downconverter and this circuit is also

implemented on the MIETEC 2.4um process. The circuit samples at up to about
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Chapter 7

Test Results
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